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Abstract. This paper is a practical guide to building higher-order filters with single-amplifier biquadratic
MOSFET–C sections. Theory, design guidelines, and measurement electronics are discussed by example of a
7th-order current-mode filter built to the specifications of a 1× DVD read channel filter. The 7th-order filter was
fabricated with the double-poly 0.6-micron CMOS process by AMS. It is continuously tunable from 4.5 MHz up
to 10 MHz, covers a chip area of only 0.24 mm2 , and consumes 49 mW from a 3.3-V supply. The SNR at −40 dB
of harmonic distortion is between 48 dB and 50 dB over the whole tuning range. The comparatively low power
consumption and chip area could be achieved by using single-amplifier biquadratic building blocks implemented as
MOSFET–C filters and generating the control voltage of the MOSFET resistors with an on-chip charge pump. The
technique is, with a small loss of SNR, also applicable on fabrication processes where only gate-oxide capacitors
are available.
Key Words: MOSFET-C filter, single-amplifier biquad, current-mode filter, current conveyor, charge pump, integrated filter, continuous-time filter

1.

Introduction

Discrete-component single-amplifier biquadratic filters (SABs) have long been used in the industry: they
are cheaper and more power-efficient than integratorconnected filters because they require only one amplifier to generate a pair of complex poles. This advantage has to be paid with a higher variance of the pole
Q, which is acceptable in most low-Q and medium-Q
filters [16,27].
In spite of their advantages in terms of power consumption and cost, SABs have seldom been used on
integrated circuits. The reason is that their pole frequency depends on the values of passive components
only, which means that in order to continuously tune the
pole frequency, adjustable passive components have to
be used. The simplest way to achieve this is to build the
SAB as a MOSFET–C filter by replacing the resistors
with transistors operating in the triode region.
This paper is a tutorial that demonstrates how
MOSFET–C SABs can successfully be used to build
higher-order video-frequency filters. The filter described here was built to verify the theory developed in
[25], where a comprehensive discussion of most the-

oretical and practical aspects of MOSFET–C SABs
including detailed descriptions of the measurements
can be found.
In the following sections, we describe the ideal and
non-ideal transfer functions of a Sallen-and-Key lowpass filter (Section 2), the structure of a second-order
MOSFET–C feedback network (Section 3), a suitable
video-frequency current amplifier (Section 4), a selfoscillating charge pump used to increase the dynamic
range by driving the MOSFET resistors with a gate
voltage above VDD (Section 5), a 7th-order Bessel filter (DVD read channel filter) built with MOSFET–C
sections (Section 6), measurement circuits on and off
chip (Section 7), the main measurement results and a
comparison with other filters (Sections 8 and 9), and a
discussion of design trade-offs (Section 10).

2.

Single-Amplifier Biquadratic Filters (SABs)

Fig. 1 shows one way to build a low-pass SAB, a
so-called Sallen-and-Key filter. The component values
are given in terms of the geometric means R and C and
the component spread factors n and m. This simplifies
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Fig. 1. A voltage-mode low-pass SAB.

the analysis and is also closer to the reality on the IC,
because variations of R and C come from process variations, whereas variations of m and n come from mismatch.
Ideally, the filter in Fig. 1 has the following transfer
function:
αV ω2p
T (s) = 2 ω p
,
(1a)
s + q p s + ω2p
ωp =

1
,
RC

m
1
1 − αV
= mn + +
,
qp
n
mn

(1b)

where ω p is the pole frequency in rad/s and q p is the
pole Q. Only R and C appear in the formula for ω p ,
so ω p varies because of process variations (and temperature . . . ) and must be tuned, either by adjusting C,
or by adjusting R. Only m, n, and αV appear in the
expression for q p , therefore the variance of q p depends
only on matching.1 The q p normally does not need to

be adjusted if it is low or moderate (q p < 5), but if
necessary it can be done by adjusting αV , the gain of
the amplifier.
A real amplifier will have a certain input capacitance, an output resistance, and a phase lag. All of them
cause pole shifts, but the non-zero output resistance
also introduces a pair of complex zeros that causes the
transfer function to rise to a certain level for higher
frequency and thus limits the achievable stopband attenuation [26,29]. This behaviour is shown using idealised transfer functions in Fig. 2 for different sets of
input capacitances and output resistances, and for the
basic band-pass and high-pass filters as well as for the
low-pass filter from Fig. 1 (see [26] for more details).
It follows from the discussion in [26] that if the
stopband attenuation and a voltage amplifier with a
certain Cin and Rout are given, the maximum achievable
pole frequency becomes
ω p max ≤
1
,
max(m, 1/m) Cin · max(n, 1/n) Rout · Astop

(2)

which is largest for m = n = 1. Note that equality in
(2) occurs only if C4 consists of the amplifier input capacitance without an additional external capacitance.
This may cause an unacceptably high q p variance, because the precision of q p then relies on the matching
of a poly-poly capacitor and a parasitic capacitance. It

Fig. 2. Ideal transfer functions (TF) of the four basic Sallen-and-Key filters. The dashed lines indicate the different pole frequencies that were
used to make all lines visible.
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should, however, not be a problem for low-q p sections
such as the ones used in this paper. The output capacitance is of course non-linear, but simulations made in
[25] show that this non-linearity scarcely affects the linearity of our video-frequency filter. However, it would
become a problem in low-distortion low-frequency
filters.
Note that in order to minimise the variance of q p ,
the component spreads should generally be as large as
possible, and not m = n = 1, as was shown in [27].
Therefore there is a trade-off between the maximum
pole frequency that can be achieved with a given amplifier and the variance of q p .
It was also shown in [27] that a Sallen-and-Key lowpass filter with minimum q p variance always needs an
amplifier with αV < 2. This is good because it means
that the low gain αV can be derived from components
of similar size that can be made to match well.
3.

Second-Order MOSFET–C Filter

The SAB from Section 2 can now be converted into
a MOSFET–C filter by building it in a balanced form
and replacing the resistors by transistors operating in
the triode region, as shown in Fig. 3. The discussion
in the previous section is also valid for a current-mode
filter, with two changes. First, Cin and Rout become
Cout and Rin ; and second, if a current flowing into the
output of the current amplifier is considered positive,
then α I = −αV .
We have chosen to transpose the filter into a currentmode filter [17] because it then has a lower power
consumption, at the expense of more harmonic distortion. We will now briefly explain why this is so.
The amplifier will not require a gain above two, as
we mentioned in Section 2. There are two possibilities
to build an amplifier with such low a gain: either a

high-gain amplifier (opamp) is used whose gain is then
set to the desired low value by feedback resistors, or a
low-gain amplifier without feedback is used. The former can be built easily with an opamp, where “opamp”
can be a voltage opamp or any of the other eight types
of opamps, e.g., a current opamp or a current-feedback
opamp [24]. The most straightforward way to build an
amplifier without gain-setting feedback is to use current mirrors, which results in a current-mode filter.
The amplifier gain is comparably precise in both
cases, since it depends on the matching of two polysilicon resistors for the voltage-mode filter and on the
matching of current-mirror transistors in the currentmode filter. Since the feedback is necessary to set the
loop gain, the voltage-mode amplifier can not be used
to build filters with a pole frequency that is higher
than the opamp unity-gain frequency divided by five
times the closed-loop gain [25]. Such a restriction is
not present in the current-mode filter, which will operate up to higher frequencies or, alternatively, will use
less power for the same pole frequency. On the other
hand, feedback also makes the amplifier more linear, so
using a current-mode filter saves power, but increases
the harmonic distortion.
The output of our current amplifier consists of composite transistors, as shown in Fig. 4. The cascode transistors are biased with a voltage Vm ± V , where Vm
is the mid-rail voltage. Note that in the process we
used, both nMOS and pMOS have the same threshold
voltage |VT 0 | = 0.85 V. Increasing V will of course
increase the maximum signal swing, but it will also
decrease the voltage margin available for driving the
current mirrors, and therefore it will increase the noise
produced by the current mirrors. It can be shown that
the V that optimises the SNR for a given level of
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Fig. 3. Balanced-signal current-mode single-amplifier biquad
containing a current amplifier with a negative gain α I .
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harmonic distortion (e.g., −40 dB) is [30]
V = 27 Vdd − VT 0 ,

(3)

which is only 0.09 V for VT 0 = 0.85 V and Vdd = 3.3 V
and can be set to zero in the implementation with a
negligible loss of SNR.
Note that this discussion neglects the bulk effect
of the nMOS cascode transistor. The increase of the
nMOS threshold voltage, VT , can be taken into account by shifting Vm by − 12 VT and by replacing VT 0
by VT 0 + 12 VT . However, since VSB of the nMOS
cascode transistor is between 200 mV and 300 mV, the
necessary shift is very small, and not doing it in the implementation again results in a negligible loss of SNR.
The assumption leading to (3) is that the main source
of distortion is the signal clipping that occurs when the
cascode transistors at the output of the current amplifier leave the saturation region. This is indeed a good
model of the reality if the gate control voltage of the
MOSFET resistors is lifted above VDD by a charge
pump, as it is proposed in this paper. In MOSFET–C
SABs without a charge pump, clipping introduced
by saturating MOSFET resistors must be taken into
account [25].
4.

Video-Frequency Current Amplifier

MOSFET resistors are not very linear, but since the
non-linearity is mainly of second order, the difference
of the two balanced filter output signals is theoretically linear (c.f. Fig. 15 (a) for a typical spectrum with
suppressed even-order harmonics). The current amplifier used in MOSFET–C SABs must therefore amplify
the difference of its input currents, and its two paths
should be identical. The amplifier whose block diagram is shown in Fig. 5 meets both criteria. Ideally, it

Fig. 5. Block diagram of a balanced current amplifier.

Fig. 6. Half circuit of the balanced current amplifier.

is described by
i o1 = α I (i i1 − i i2 )

i o2 = −α I (i i1 − i i2 ).

(4)

According to the discussion in Section 2, the output
capacitance of the current amplifier should be low, its
input resistance should be low, and it can also be shown
that its phase lag should not exceed 10 . . . 20◦ at the pole
frequency of the biquad to be built [25].
The half circuit of our current amplifier is shown
in Fig. 6. It was developed from a circuit that is
conventionally called class-A second-generation current conveyor [14, Chap. 11.5]. It consists of one voltage buffer and several current mirrors. M[1–6]3 and
M11 are constant-current sources; M[2–6]1 form current mirrors. M22 is the input transistor. It provides, at
its source, a current input with input resistance Rin ≈
1/gm22 . M12 is a voltage level shifter that sets the operating point voltage of node X to V A (V A = Vm in our implementation). Any current flowing into X is mirrored
from M21 to M31 and from M41 to M51 and flows out
of Z ; it is also mirrored from M21 to M61 of the other
half-circuit, where it flows into Z . Thus the two input
currents i i1 and i i2 are subtracted, and if all current mirrors have unity gain, the resulting gain is α I = −2. A
different gain can easily be achieved by changing the
width of all output transistors M[5–6][1,3].
Note that all transistors drawn with boxes as gates
are composite transistors as explained in the previous section. All cascode transistors are biased by
Vm , with one exception. The gate potential of the
diode-connected transistor M12 is below Vm − VT 0 ,
so the cascode transistor of M11 must be biased differently, namely by the voltage Vbc generated by transistor
M81 of the bias circuit shown in Fig. 7. The main transistor of M11 does not necessarily need to be enlarged,
since it only has to conduct the bias current, while all
other nMOS composite transistors in the amplifier have
to be able to conduct the bias current plus the maximum
signal current. So in our design, M11 by coincidence
has the same size as M[2–6]1.
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5.

Fig. 7. Bias circuit.

In the composite transistors, the W/L ratio of the
main transistor is about six times smaller than the W/L
ratio of the cascode transistor. As was shown in [2], simple cascodes are fastest when the Vd sat of the cascode
transistor is about 40% of the Vd sat of the main transistor. The factor of six results when the W/L ratios
necessary to achieve the 40% are calculated from Vd sat
and Id .
The actual transistor dimensions were found iteratively. First, we knew from experience that the bias current would have to be around 160 µA to achieve a maximum pole frequency around 16 MHz. The maximum
signal current to be supported by the current amplifier was designed to be 60 µA, approximately the current at which the MOSFET resistors would saturate.
This determined the sizes of all current source and current mirror transistors. The input transistors M[1–2]2
were sized such that they provide an X input resistance around 500 , and then it was made sure that
the cascode transistor in M11 would indeed remain
in saturation by giving it a bias voltage 0.1 V below
analogue ground, which determined the size of M81.
This process was iterated several times until the simulated performance of the highest-Q biquad in the filter
was satisfactory. The resulting transistor dimensions
are given in Table 1.

Self-Oscillating Charge Pump

It was shown in [25] that the signal swing of a
MOSFET–C filter can be increased considerably2 if the
gate control voltage is lifted above the positive supply
using a charge pump.
The charge pump shown in Fig. 8, whose element
sizes are given in Table 2, combines features of a charge
pump proposed in [6] with those of a five-inverter ring
oscillator. It actually comprises two charge pumps. The
main pump, consisting of M1, M4, M5, M6, C1 , and
C4 , fills the reservoir capacitor C0 with charge, where
M5 and M6 alternatively conduct the charging current.
A second pump driven by the same inverters, consisting of M2, M3, C2 , and C3 , sets the gate voltage of M5
and M6 to 2 Vin while they charge C0 . Thus the output voltage becomes VC ≤ 2 Vin − VT 5 , where M5’s
threshold voltage VT 5 is comparatively large because of
the bulk effect (we are using an n-well process). In our
example, VC = 4.6 V for Vin = 3 V. The charge pump
operates properly for Vin = 1.3 . . . 3.3 V, resulting in
VC = 1.5 . . . 5.0 V.
The voltage ripple of this charge pump is smaller
than that of a conventional charge pump by a factor

Table 1. Transistor dimensions in the amplifier. The “×2” indicates
common-centroid layout.

M[1–6]1
M81
M91
M[1–2]2
M13
M[2–8]3
M93
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Fig. 8. Self-oscillating charge pump.

Main Transistors

Cascode Transistors

Table 2. Transistor and element dimensions in the charge pump.

45 × 1.8 µm
14 × 0.6 µm
45 × 1.8 µm
120 × 0.6 µm × 2
87 × 1.8 µm
70 × 1.8 µm
87 × 1.8 µm

95 × 0.6 µm
—
95 × 0.6 µm
—
140 × 0.6 µm
140 × 0.6 µm
140 × 0.6 µm

All nMOSTs
All pMOSTs

10 × 0.6 µm
33 × 0.6 µm

Rd
Cd , C2 , C3
C1 , C4
C0

4.8 k
0.5 pF
1 pF
20.5 pF
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of gm5 /gds5 ≈ 30 . . . 100. As mentioned in [6], the
voltage ripple becomes
Vripple =

1
gds5
Iout
·
,
·
2 C0 f clk gm5

(5)

where Iout is the DC current flowing out of the reservoir
capacitance C0 and f clk is the pump’s clock frequency.
This means that if Vripple , Iout and f clk are the same,
the two-stage charge pump needs a reservoir capacitor which is 30 . . . 100 times smaller than the one in a
conventional charge pump.
The oscillator should have an oscillation frequency
that is far above the edge frequency of the filter. Because the inverters need to deliver only small currents,
they can be built with small transistors. Using only
inverters would result in an oscillation frequency of almost 1 GHz, thus two passive one-pole low-pass filters,
each consisting of one poly-silicon resistor and one
poly-poly capacitor, were used to slow the oscillator
down to simulated 90 MHz. This has the additional advantage that it reduces the temperature dependence of
f clk . The measured oscillation frequency was between
62 MHz and 71 MHz for a charge-pump supply voltage
going from 2.7 V to 3.3 V, which is within the range
given by the tolerances of poly-silicon resistors and
double-poly capacitors on the IC process we used.

6.

7th-Order Bessel Filter

Using the biquads discussed above, the 7th-order
Bessel filter shown in Fig. 9 was built. From left to
right, the following building blocks can be seen: analog
pads and power supply pads, poly resistors (four vertical gray lines) and the current amplifier of the on-chip

V–I converter used for making the measurements (see
Section 7 for details), a passive first-order low-pass filter with a normalised f p = 1.687 that consists of a current amplifier and a first-order MOSFET–C low-pass
filter, and three MOSFET–C SABs with ( f p , q p ) =
(2.053, 1.13), (1.719, 0.53), and (1.825, 0.66), in this
order. This filter could, e.g., be used as a pulse equaliser
in a 1× DVD read channel [12].
In order to maximise the SNR of a biquad cascade,
the gains of the individual biquads should be set to unity
to make the signal levels in all biquads equal. This will,
however, increase the variance of the pole Q considerably compared to the pole-Q variance of the minimumvariance design. In our design, we decided to use a gain
of two in all biquads, but measurements and simulations showed that it would have been sufficient to give
the highest-q p biquad a gain of two and the remaining
stages a gain of one, which would have increased the
maximum current before clipping occurs, and therefore
the SNR of the filter, by a factor of three, or by 9.5 dB.
The passive component values used to build the 7thorder filter are shown in Table 3. Note that the signal
capacitors are large compared to the output capacitance
of the current amplifier, which is around 0.6 pF. It will
be shown in Section 10 that the linearity of the filter
is scarcely affected if no explicit signal capacitors are
used, such that C[1–2]4 consist of parasitic capacitance
only [25]. This would make it possible to increase the
edge frequency of the 7th-order filter without using
more power, but it would reduce the SNR by 4 dB because the noise bandwidth would increase, and it would
increase the variance of all q p because the latter depends on the matching of C[1–2]4 and C[1–2]2, which
would become worse.
Table 3. Element values in the four sections of the 7th-order filter.
Element
Dimensions

( f p, qp)

Fig. 9. Chip photos of the 7th-order filter and the charge pump (both
photos have the same scale).

Capacitance

(1.687, −)

C[1–2]4
R[1–2]3

68.9 × 28 µm
12 × 8 µm

1.68 pF

(2.053, 1.13)

C[1–2]2
C[1–2]4
R[1–2][1,3]

60 × 26.75 µm
72.2 × 16.6 µm
12 × 6 µm

1.40 pF
1.05 pF

(1.719, 0.53)

C[1–2]2
C[1–2]4
R[1–2][1,3]

55.5 × 19.1 µm
72.2 × 22.2 µm
12 × 10.5 µm

0.93 pF
1.40 pF

(1.825, 0.66)

C[1–2]2
C[1–2]4
R[1–2][1,3]

56.5 × 21.25 µm
72.2 × 19.5 µm
12 × 9.5 µm

1.05 pF
1.23 pF
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7.

Measurement Setup

750

When voltage-mode filters are measured, one normally
uses output drivers to drive the chip pads, but the input
of the filter can often be connected directly to the pads.
For current-mode filters, it is the output that can be
connected directly to the pads and the input that needs
a driver.
For all measurements, the filters were driven by the
single-ended–to–balanced voltage converter shown in
Fig. 10. It has a 50- input to which the generator
of the network analyser can be connected, and it provides precisely balanced output voltages. It bases on
the current-feedback (CFB) opamp AD 8002, which is
well capable of driving high loads, so all circuits on the
chip could be connected to the same two input pads.
Actually, the circuit in Fig. 10 is an adaption of a differential line driver proposed in the data sheet of the
AD 8002. The conversion gain is one, and because the
network analyser expects a resistance of 50 , there is
only the 6-dB loss of the power splitter at the analyser
output to be taken into account.
The common mode of the input voltages is so constant that on chip, both balanced voltages can simply
be converted to balanced currents by a poly-silicon resistor connecting the pad to the input of a single-ended
current amplifier (i.e., only transistors M11–M33 of
Fig. 6). The bandwidth of this setup is not much higher
than the bandwidth of the filter to be measured, but the

2p–4p
750
Vi

100n 750

20 Vo 1
AD 8002

49.9
750

750

75

750

Ii 1 49.9
300

750

AD 8011

3p
49.9 Vo
AD 8002

3p
Ii 2 49.9

30
AD 8011

750

150

Fig. 11. Balanced-current–to–single-ended-voltage converter using
AD 8002 and AD 8011 CFB opamps.

chip from which the measurements in this papers were
made contained one path with nothing else but the onchip V–I converter, such that its transfer function could
be calibrated out of the measurements.
The current output of every test circuit was converted to a single voltage by the circuit shown in Fig. 11.
It consists of two independent I–V converters based
on the AD 8011 (another CFB opamp). The converters
have an Rm = 750 . The following stage is a difference amplifier based on the AD 8002 with a voltage
gain of 5. Together with the differencing, the overall
Rm from a single current output to the converter output
is 7500 . The reason why two different CFB opamps
were used is that the AD 8011 is basically slower; because of the stability problems that often occur with
these high-speed amplifiers, we decided not to use amplifiers that are faster than necessary.
All transfer functions and characteristics were measured with the 500-MHz network analyser HP 8751 A;
the noise and clock feed-through were measured with
the 150-MHz spectrum analyser HP 3588 A. For the
harmonic-distortion measurements, a 2-V pp signal was
generated with a Tektronix AFG 2020 function generator and then attenuated by a programmable RF attenuator, the Marconi MA 2186, in order to produce a
harmonically clean signal for the measurements.

750
20 Vo 2

8.

Measurement Results

AD 8002

Fig. 10. Single-ended–to–balanced voltage converter using AD
8002 CFB opamps.

The 7th-order Bessel filter was integrated in the
0.6-µm double-poly triple-metal CMOS process by
Austria Mikro Systeme, of which some parameters are
shown in Table 4. Fifteen chips were produced, and
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Table 4. Process parameters of the 0.6-µm CMOS process by AMS.

VT 0
µ · Cox
γ
φ0

nMOS

nMOS

0.85
120
0.8
0.94

−0.85
40
0.5
0.91

(V)
2)
(µA/V
√
( V)
(V)

all worked fine. The inter-chip matching measured for
a single biquad with f p = 24 MHz and q p = 3 was
sufficiently good, the standard deviations of f p and q p
were 1.5% and 3%, respectively. On-chip matching can
be expected to be even better, but was not measured.
The measured performance of the 7th-order Bessel
filter is summarised in Table 5. The values for power
consumption and chip area include the charge pump,
the chip area also includes the wiring around the filter
block and a margin of a few µm in every direction.
The input signal level at which 1% THD is reached
was determined for every setting of VC by first
determining the edge frequency of the filter for that
particular VC and then using an input signal of one
fifth of that frequency such that the first five harmonics
lie in the passband.
The clock feed-through to the filter outputs was measured as well (actually, this was how we determined the
oscillation frequency of the charge pump), but it was
scarcely visible over the noise floor (see curve (c) in
Fig. 15) and changes the SNR of the filter by much less
than 1 dB.
CMRR and PSRR were simulated and measured as
well and are exceptionally good because of the perfectly balanced structures and the good matching of
the signal paths, but we decided to not publish the values because they are really irrelevant. There is another
effect in MOSFET–C filters that is much stronger than
the linear transfer of a power ripple or common-mode
signal: any common-mode signal at the source/drain
of a MOSFET resistor will be modulated by the signal.

Table 5. Measured performance of the 7th-order filter.
Charge pump supply
VC
Edge frequency
SNR for 1% THD
Supply voltage
Power consumption
Chip area

2.7. . . 3.3 V
4.4. . . 5.0 V
4.5. . . 10 MHz
48. . . 50 dB
3.3 V
53 mW
0.28 mm2

Fig. 12. Measurement of the intermodulation of signals with different frequencies with the power ripple caused by the charge pump (the
spectrum units are chosen arbitrarily such that all peaks are visible).

To illustrate, Fig. 12 shows measurements of strong
sine signals in the presence of a charge pump with a
clock frequency slightly above 70 MHz. Clearly, the
clock-feedthrough component dominates, but the mixing products of the signals with common-mode signals and power supply ripples caused by the charge
pump clock can also clearly be seen. Thus the CMRR
and PSRR will be non-linear and they will also depend on the nature of the differential-mode signals, the
common-mode signals, and the power supply ripple
signals. There is, to our knowledge, no standard way to
quantify such non-linear CMRR and PSRR, all we can
say is that our measurements showed that these effects
were weaker than the linear clock feedthrough. Therefore, while we cannot say how small the CMRR and
PSRR are, we still know that they are small enough.

9.

Comparison with Other Filters

A figure of merit that is often used to compare filters is the power per pole and frequency as a function of the SNR at 1% THD. Fig. 13 shows this figure
of merit for several filters published recently; Table 6
gives the references to where each filter can be found.
The black circles denote nine CMOS filters working
in the frequency range 5–50 MHz, three of them are
MOSFET–C filters built by us, the other six are Gm–C
filters. The gray circles are different filters. Note that
Filters 15 and 25 are switched-capacitor filters, and
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Fig. 13. Figure of Merit for different filters in the literature.

Table 6. References to the filters in Fig. 13.
1
2
3
4
5
6
7

MOSFET–C
[5]
MOSFET–C
[34]
[3]
[13]
[15]

8
9
10
11
12
13
14

[8]
MOSFET–C
[22]
[7]
[1]
[33]
[23]

15
16
17
18
19
20
21

[32]
[20]
[19]
[11]
[21]
[31]
[18]

22
23
24
25
26

[9]
[10]
[35]
[9]
[4]

Filter 22 is a switched-current filter. There are two entries for each of the switched filters, the gray number without a circle denotes the figure of merit for the
pole frequency, and the gray circle stands for the sam-

pling frequency. We included the three switched filters
only to illustrate the well-known fact that switching
costs power, and that the power per pole and sampling frequency of switched filters is comparable to
the power per pole and frequency of continuous-time
filters.
Several things can be seen in Fig. 13, e.g., that two
filters, 19 and 24, lie far below the rest, but they use
special technologies and techniques that have disadvantages which are not covered by the figure of merit:
Filter 19 is a BiCMOS log-domain filter, and Filter 24
uses positive feedback. Both filters operate around
0.5 MHz.
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We will now concentrate on discussing our filters
and the filters that are comparable to them (i.e., the
black circles). Filter 1 is a MOSFET–C filter without
charge pump (discussed in [25]), it cannot reach high
SNRs. It would, however, be suitable for building pulse
equalisers similar to Filter 2. The comparison is not
really fair, because Filter 2 is a 7th-order filter where
all cascading problems have been solved. We believe,
however, that if an experienced analogue-IC designer
used MOSFET–C biquads to build a pulse equaliser,
its performance would be similar to the performance
of Filter 2.
This raises the question of biquad cascading.
Filter 3 is the filter presented in this paper. It has a
comparatively low dynamic range since every biquad
has a low-frequency gain of two and only the last biquad can use its full signal swing. If a gain of one was
used, the maximum current through the filter would
increase by a factor of about 5, the power consumption would decrease slightly, and Filter 3 would end
up somewhere between Filter 6 and Filter 9. However,
using unity gain would also increase the variance of the
q p of the biquadratic stages. As a compromise, giving
the highest-q p biquad a gain of two and the remaining
biquads a gain of one results in sufficiently stable poles,
gives 9.5 dB more SNR as discussed above, and places
Filter 3 into the group of Filters 4, 5, and 6. Compared
to these three filters, the main disadvantage of our filter
is that it requires a charge pump, the main advantage
is its size: it only uses 0.04 mm2 per pole (including
the charge pump), whereas, e.g., Filter 4 (an LC ladder
simulation) uses 0.25 mm2 per pole, and Filter 7 uses
0.12 mm2 per pole, but uses less power per pole and
frequency.
Filter 9 [28] is the best single biquad we could build
with the MOSFET–C SAB technique. It has a pole Q
of three. With its high SNR, its low power per pole
and frequency, its tuning range of 26–36 MHz, and
its chip area use of only 0.055 mm2 per pole (including the charge pump), it is among the best available
continuous-time biquadratic filter sections, at least according to the figure of merit discussed here. It is, however, an open (and complex) question how such biquads
can be cascaded in an optimum way, and which performance can be achieved with a higher-order filter. The
educated guess made in the previous paragraph lets one
expect that it is possible to build a 7th-order Bessel filter with a power per pole and frequency of 400 pJ, an
SNR at 1% THD of 60 . . . 65 dB, and a chip area of
0.04 mm2 per pole.

It is open to debate whether a comparison by a simple figure of merit is meaningful at all. If it is, we have
shown that our filters can achieve a performance similar
to the performance of typical Gm–C video-frequency
filters while using far less chip area. We think, however,
that a figure like Fig. 13 should mainly be used as a map
showing with which other filters one should compare
ones own filters in more detail. Much more important
than a comparison with other filters is a discussion of
trade-offs.
10.

Discussion

Several trade-offs that are important during the design
of our filters were already discussed above. This final
section covers a few important trade-offs from a wider
perspective; the aim is to give the reader an impression
of what can be done with MOSFET–C SABs.
Amplifier input resistance and output capacitance. As
described above, the maximum achievable pole frequency of an SAB is determined by the required stopband attenuation and by the input resistance and output
capacitance of the amplifier. Since the output capacitance cannot be decreased much without reducing the
voltage swing (and with it the signal swing), the only
viable alternative is to reduce the input resistance. One
way to do this is to simply increase the supply current
of the current amplifier input stage. However, since
this current is mirrored to all other stages, this makes it
necessary to enlarge the current mirrors, which again
increases the output capacitance and limits the use of
this method.
Another idea is to reduce the input resistance by
using local feedback with a very high unity-gain
bandwidth. Then the local feedback amplifier would
consume the major part of the total power, which is
possibly the only way to considerably increase the maximum possible pole frequency by trading power off for
speed.
Signal swing, THD, and SNR. It was explained above
how the signal swing in charge-pumped MOSFET–C
SABs should be set in order to maximise the SNR of the
filter at a certain level of THD. However, there is little
correlation between the level of THD and the SNR in
a certain filter. Because the THD is mostly caused by
clipping, it increases quickly when a certain input current is exceeded. Therefore the SNR for −40 dB THD
normally is only 2 dB larger than for −60 dB THD.

An 8.25-MHz 7th-order Bessel Filter

Fig. 14. Simulated THD of a conventional MOSFET–C SAB (solid),
of a MOSFET-only SAB (dashed), and the latter curve with Iin scaled
by 1.5 (dotted).

Double-poly or single-poly process. One may also use
gate-oxide capacitors instead of poly-poly capacitors to
implement the signal capacitances. The resulting filter
is then compatible with standard digital CMOS processes. Fig. 14 shows the THD simulated at f p /2 of a
conventional MOSFET–C SAB (solid), of a MOSFETonly SAB (dashed) where the poly-poly capacitors have
simply been replaced by gate-oxide capacitors, and the
latter curve with Iin scaled by 1.5 (dotted).
This shows that the replacement reduces the maximum possible input current to 65%, which amounts
to a loss of only 4 dB of SNR. Note that this number
depends both on the operating point voltage and on the
process parameters. The capacitor block becomes only
slightly larger (by about 25%). This is also not so in
general, in fact, the gate-oxide capacitance can be much
larger than the poly-poly capacitance in modern deep
sub-micron processes, such that the capacitor block actually becomes smaller when gate capacitors instead of
poly-poly capacitors are used. Nevertheless, it can reasonably be expected that MOSFET-only SABs generally will not have a much lower SNR than MOSFET–C
SABs.
Charge pump or no charge pump? The advantages
of driving the MOSFET resistor gates with a charge
pump are so great that it should be done if possible. Also, the clock feed-through to the output of
our filters is small enough for most applications, if
the layout is made correctly. In one of the test bi-
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Fig. 15. Clock feed-through at the output pins of a biquad with incorrect signal line layout (a), the same with the biquad switched off
such that only the passive clock feed-through caused by improper
layout is visible (b), and in the 7th-order filter described in this paper
(c). The signal frequency in (a) and (c) is the same (2 MHz), but
not the magnitude. Note that the three spectra are shifted by 5 MHz
in frequency such that all peaks remain visible. The different noise
floors come from different input attenuator settings of the spectrum
analyser.

quads, we made the mistake of laying the filter output lines over the guard ring of the charge pump and
then in parallel to the supply line of the charge pump.
The result was unacceptably large clock feedthrough,
as demonstrated by the measurements presented in
Fig. 15.
There are two things that could prevent the use of a
charge pump.
First, although our filters reject the substrate noise
generated by the charge pump quite well, it must be
made sure that the same is also true for all other signalprocessing circuits on the chip. This may be a problem
on purely analogue ICs, but is not really an issue on
mixed-signal ICs, because there the substrate noise of
the digital part dominates anyway.
Second, the charge pump described above is constructed such that although its output voltage can reach
5 V, no terminal voltage difference on any elements will
exceed 3.3 V. Theoretically, no break-down will occur
even if the process used does not support 5 V (the process we used is actually a 5-V process). The same is
true for the MOSFET–C SABs. However, over-peaking
during the transients (start-up) might change this, and
it must be made sure by careful simulations that the
charge pump is compatible with the process at hand.
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Notes
1. The gain αV has to be low, as will become apparent later in the
paper, and therefore its variance also depends on matching. In a
voltage amplifier, it often depends on the ratio of two resistors,
and in a current amplifier, it depends on the matching of current
mirror transistors.
2. The word considerably is not quantified here because building a
3.3–V MOSFET–C filter in the process we used was barely possible at all without a charge pump. C.f. the discussion in Section 9.
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